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RESUMEN

TÍTULO: TÉCNICAS DE REDUCCIÓN DE POTENCIA PARA MODULADORES DELTA-SIGMA

DE BAJO VOLTAJE *

AUTORS:

ALEX JULIAN MANTILLA RIOS **

DANIEL FERNANDO GOMEZ SERRANO **

PALABRAS CLAVE: MODULACIÓN DELTA-SIGMA, BAJO CONSUMO, OPAMP DE BAJO CON-

SUMO, INVERSOR COMO AMPLIFICADOR, REDUCCIÓN DE POTENCIA, TECNOLOGÍA CMOS

ESCALADA, CIRCUITOS DE CAPACITORES CONMUTADOS.

DESCRIPCIÓN:

Utilizando un modelado de comportamiento basado en Matlab, se implementan dos moduladores

∆Σ que emplean la arquitectura clásica de realimentación, un modulador de 2º orden y un mod-

ulador de 3er orden, utilizando un nodo tecnológico CMOS TSMC 180nm. Este trabajo presenta

el resumen de todo el flujo de diseño de un modulador ∆Σ aplicando técnicas de reducción de

potencia, implementando integradores de condensadores conmutados basados en inversores

y reduciendo la tensión de alimentación hasta 0, 9V (< |VTHP| + VTHN). Estos moduladores

presentan un pico SNDR de 76dB@922mV Diff y 90dB@718mV Diff para el 2º y 3er orden respec-

tivamente, con un Rango dinámico de entrada de 53dB y 71dB.

* Tesis de Pregrado
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ABSTRACT
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CIRCUIT.

DESCRIPTION:

Using a Matlab-based behavioral modeling, Two ∆Σ modulators that employ the classic feedback

architecture are implemented, one 2nd order modulator and one 3rd order modulator, using a

CMOS TSMC 180nm technology node. This paper presents the summary of the entire design flow

for a ∆Σ modulator applying power reduction techniques, implementing inverter-based switched-

capacitor integrators and reducing the supply voltage as low as 0.9V (< |VTHP|+ VTHN). These

modulators report a SNDR peak of 76dB@922mV Diff and 90dB@718mV Diff for the 2nd and 3rd

order respectively, with a input dynamic Range of 53dB and 71dB.

* Undergraduate Thesis

** Facultad de Ingenierı́as Fı́sico-Mecánicas. Escuela de Ingenierı́as Eléctrica, Electrónica y de
Telecomunicaciones. Director: Luis Eduardo Rueda Guerrero. PhD(s)
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Telecomunicaciones. Director: Luis Eduardo Rueda Guerrero. PhD(s)
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INTRODUCTION

In recent years, the increasing demand for interconnected systems within the

ecosystem of smart cities has led to a proliferation of Internet of Things (IoT)

devices. These devices gather data from the environment through sensors and

process this information to provide valuable insights for decision-making. How-

ever, a critical challenge in the design of these devices is the limited availability of

energy, as many of these systems are battery or solar-powered. In this context,

energy-efficient solutions are essential to ensure the longevity and sustainability

of these systems.

One of the fundamental components of IoT devices is the analog-to-digital con-

verter (ADC). In essence, ADCs are the gateway between the physical and digital

worlds for signal processing. From the environment, analog signals are measured

through sensors, collecting information for future decision-making. However, this

information needs conversion to a digital format to be processed by the core. This

data conversion process is crucial for many applications, including telecommuni-

cations, instrumentation, and more. As a result, high-performance ADCs are an

area of intense research and innovation.

There are many ways to implement data conversion, i.e., different types of ADCs

that differ in the operations or processes executed to convert analog information

(e.g., a voltage measurement of 0.87 V) to digital data (e.g., the value 010011 for

6 bits resolution). These operations can be complex and different, but the types

of ADCs are classified into two groups; Nyquist converters and oversampling

converters. As is well known, the Nyquist theorem states that for a signal with a

specific bandwidth, it is necessary to sample it at least twice its highest frequency

11



component ( fB) to capture all the information. Nyquist ADCs follow this principle,

sampling the input signal at a rate equal to or higher than twice its bandwidth

( fS >= 2 fB). Oversampling ADCs, on the other hand, sample the input signal

at a much higher rate than its bandwidth, which allows for a more straightforward

implementation and a higher resolution.

Figure 1. Delta-Sigma ADC general structure

 

𝚫𝚺 Modulator   M
Digital LPF Desimation

u(t) v(t) u(n)

Analog Digital
fOS

NN

fS

Among oversampling ADCs, one of the most widely used architectures is the

Delta-Sigma ADC. Delta-Sigma is a popular choice for its ability to achieve high

resolution and robustness against circuit imperfections with minimal power con-

sumption 1, desired characteristics in applications such as biomedical, IoT, and

HQ audio. However, they also present challenges such as stability issues, clock

jitter sensitivity, and large silicon area. These converters are described in Fig 1,

containing the Delta-Sigma Modulator and the Digital Filtering. The first modu-

lates the mean value of a square signal v(t) with the value sampled at the input

u(t), while the digital Low Pass Filter (LPF) processes this squared signal as a

stream of bits to obtain a fully digital N-bit signal. However, the stream also con-

1 Pavan Shanthi. Schreier Richard. Temes GARBOR. Understanding Delta-Sigma Data Con-
verters. 2nd. Hoboken, New Jersey: John Wiley & Sons, Inc, 2017.
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tains a large amount of noise that is shaped by the modulator. Therefore, a

decimation filter is required to reduce the sampling rate and remove the noise

from the output.

This paper presents a detailed design of a Low-Voltage Low-Power Delta-Sigma

Modulator, highlighting its key features, performance metrics, and practical con-

siderations for implementation. This modulator is designed for audio applications,

reducing as much possible power consumption. Table 1 shows the specifications

this design must achieve. However, in figure 2, some of the most classic exam-

ples of low-voltage analog design are shown, where a) shows that if the supply is

reduced below |VTHP|+VTHN the implementation of switches as CMOS passing-

gates does not work, since the voltage of node VFS may not be sufficient to turn

on either of the two transistors. In addition, b) shows that a differential pair input

stage requires at least VTH + VOV at the input to operate, a limit that reduces the

range of input excursion.

Figure 2. Classic low voltage design challenges. a) CMOS Complementary
switch. b) differential pair input stage

VFS

VFS

V

a) b)

FS

VB

VCM VCM

VDD

NMOS OFF

PMOS OFF

Both OFF

GND

VDD VFS

VTH

VOV

VDD

GND

Usable 
Range 

The modulator is designed by implementing a system abstraction methodology,

starting with the analysis in section II, which presents the system’s general ar-
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Table 1. Modulator’s specifications to achieve

Specification Value
Technology Node CMOS 180nm
Supply Voltage (V) <=1

Bandwidth (Hz) 20k
SNDR (dB) >65

Differential Vin Swing (V) 500m
Power Consumption In order of hundreds of uW

chitecture, its fundamental operation, and a system model to predict its behav-

ior in the face of its non-linearity. One of the techniques used to reduce power

consumption is the reduction of the supply voltage (VDD). However, in analog

design, this involves many challenges when it comes to guaranteeing the perfor-

mance of a system in the transistor implementation 2. Therefore, sections III and

IV describe the design and considerations of the integrators and the differential

comparator. In addition, section V presents the non-idealities of transistors in the

switching application, which affect the speed and accuracy of the modulator. At

this point, some additional circuits to guarantee the correct performance of the

modulator are mentioned. In section VI, these circuits are presented. Then, sec-

tion VII shows the simulation results of the modulator design. This work leaves

opened the door for possible improvements to obtain better performance of a

Low-Voltage Low-Power Delta-Sigma modulator. In section VIII, these improve-

ments are discussed. Finally, section IX summarizes all the work developed in

this paper.

2 Joan S. SANTAMARIA. “Low Power Delta Sigma Data Converter”. In: Universidad Industrial
de Santander graduation project (2021).
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1. DELTA-SIGMA MODULATION

In the previous section, the modulator is mentioned as a black box, a system that

converts the amplitude of the input signal u(t) into the average value of a square

signal v(t). This section presents how this modulation is implemented and what

trade-offs are associated with it. First, it is necessary to show one of the most

straightforward systems of this modulation in Figure 3 a). This system comprises

four blocks: an adder, an integrator, a quantizer (for this simple case, a 1-bit

quantizer), and a delay of 1 sample. Note that this diagram denotes the output

signal of the modulator as v(n), while in Figure 1 v(t). This notation is taken based

on the time discretization of the system as a function of the sampling frequency

fOS.

To understand how the system operates, it is necessary to calculate the transfer

function from the input u(n) to the output v(n). However, a linear model of the

quantizer is required for this 1. This explains why this is not an easy task, and,

as a standard, this block is modeled as a sum of the quantizer input and a noise

signal e(n). This signal is known as quantization noise, as shown in Figure 3b).

Note now that the output signal v(n) is now a function of the input signal u(n)

and the quantization noise signal e(n). When calculating v(n) in the complex

frequency domain z, it is obtained that,

V(z) = U(z) + (1 − z−1) · E(z) (1)

This equation can be written as,

V(z) = STF(z) · U(z) + NTF(z) · E(z) (2)

Where, the Signal Transfer Function (STF) and the Noise Transfer Function (NTF)

15



Figure 3. First Order ∆Σ Modulator block diagram, (a) Using the 1-bit quantizer
symbol (b) Using a linear model for the quantizer

(a)

(b)
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correspond to,

STF(z) = 1

NTF(z) = (1 − z−1)

From Eq. 1, the input signal will be seen directly at the output, while the quanti-

zation noise signal passes through a filter given by NTF(z). This filter becomes

very interesting when replacing z = ejw. Figure 4 shows the graph of the squared

magnitude of NTF(z) as a function of ω, normalized to an arbitrary sampling

frequency fS. Note that low-frequency spectral components (around 0) are atten-

uated while high-frequency components (close to 0.5) are amplified; the behavior

of a High-Pass Filter.

Another way to reason for this behavior is in terms of power. The filter trans-

lates the power distribution of the noise from low-frequency components to high-

frequency components. Interestingly, this happens only with the quantization

noise but not with the signal. This effect of filtering the noise is called noise

shaping. Shaping the noise becomes extremely useful when the input bandwidth

is close to 0 (i.e., in low-bandwidth applications). Using a sampling frequency far

higher from the signal bandwidth reduces the power of the noise contained in this

band. The amplified higher frequency noise is filtered by the digital systems of

Figure 1. Therefore, it becomes necessary to define the Over-Sampling Ratio as

OSR =
fs

2 · fB
=

fs

fN
(3)

where fS is the modulator sampling frequency ( fOS in Figure 1), fB is the input

maximum frequency component, and fN is the Nyquist frequency. This way, the

OSR represents ”how many times is the modulator sampled, compared with the

Nyquist frequency.”

17



Figure 4. NTF(z) from Eq. 2
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1.1. HIGHER ORDER DELTA-SIGMA MODULATOR

As mentioned earlier, noise shaping combined with oversampling has shown to

be a technique that increases the Signal to Quantization Noise Ratio (SQNR)

over specific bandwidths when discretizing an analog signal. Intuitively, it can be

concluded that the higher the oversampling rate (OSR), the more significant the

increase in SQNR. By integrating the power spectral density of quantization noise

within the signal bandwidth (qrms), this relationship can be expressed as,

q2
rms =

π2

3
e2

rms
OSR3 (4)

Where ”erms” represents the quantization noise rms value (signal dependent). As

expected, the in-band noise decreases with increasing OSR. However, this de-

crease is relatively slight; doubling the OSR reduces the noise only by 9 dB, en-

hancing the ENOB by only about 1.5 bits. Of course, another way to increase the

modulator SQNR is to increase the loop filter order. Figure 5 shows the second

order ∆Σ modulator.

Figure 5. Second Order Delta-Sigma Modulator

1

1-Z-1

Z-1

v(n)u(n) 1

1-Z-1

By solving the equations for this system, the signal (STF(z)) and noise (NTF(z))

transfer functions can be found given by

V(z) = STF(z) · U(z) + NTF(z) · E(z)

19



V(z) = U(z) + (1 − z−1)2 · E(z) (5)

Note that in this case, NTF(z) now corresponds to the transfer function of a

second-order high-pass filter. It is intuitive to think that by adding one more stage

of integration (For a 3rd order ∆Σ modulator), the output V(z) is given by

V(z) = U(z) + (1 − z−1)3 · E(z) (6)

In this way, it can be generalized that for an L-order modulator, the quantization

noise transfer function is

NTF(z) = (1 − z−1)L (7)

And the quantization noise in the signal band of equation 4 results in

q2
rms =

π2L · e2
rms

(2L + 1) · OSR2L+1 (8)

As the order of the filter increases, the trade-off of doubling the OSR becomes

more favorable, increasing the ENOB by L + 0.5 bits.

Figure 6 graphically shows how quantization noise is reduced in a bandwidth

close to 0 by increasing the order of the loop filter. As the filter slope increases,

the noise of the interest band decreases.

1.2. ∆Σ MODELING

In the previous sections, an analysis of the modulator at the system level has

been carried out. On the other hand, in the following sections, the design of the

blocks that make up the modulator is presented one by one. However, to ensure

that the modulator works correctly, it is necessary to analyze how it behaves in

20



Figure 6. NTF(z) increasing the loop filter order
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the face of non-idealities of the circuits that make it up. These non-idealities

added to the dependence of the input signal on quantization noise, resulting in

a highly complex analysis to define circuit specifications theoretically. For this

reason, a simulation is developed in MATLAB: SIMULINK, which evaluates the

most relevant non-idealities of each element and establishes a table of minimum

specifications for each, which guarantees that the modulator can satisfy table 1.

The starting point for the design is the choice of loop filter order and oversampling

ratio. For this purpose, simulations suggest that at a system level, specifications

can be achieved with a 2nd order modulator with an OSR of 128. That is, to

achieve the bandwidth of the specification, it is necessary for the system to oper-

ate at a sampling frequency (i.e., clock frequency) of

fS( fCLK) = OSR · 2BW = 128 · 40k = 5.12MHz

22



2. LOOP FILTER IMPLEMENTATION

As mentioned in the previous section, the loop filter is the most relevant system in

the design of the modulator because it depends on how ”good” the noise shaping

will be. That is, the quality of the slopes in Figure 6 depends on the accuracy of

this system. Figure 7 shows the core of the two most commonly used topologies

for implementing this loop filter. The circuit shown in a) is a continuous-time

integrator (RC), while that in b) is a discrete-time integrator (switched capacitors).

Continuous-time modulators are highly linear and capable of achieving good res-

olutions with wide bandwidths at the cost of power consumption in the order of

mW, or higher 3 4. Continuous-time integrators also have an inherent low-pass

filter that functions as an anti-aliasing filter. However, as integrated technology

reduces its dimensions, CMOS devices are smaller but not resistors. The area

used by resistors against transistors increases. Extra layers to increase the ma-

terials’ resistivity also increases the chip cost. 5 presents an alternative to this

filter, with Gm-C integration topology, eliminating the need for resistors at the cost

of limited output excursion ranges, limiting input excursion range. This last factor

is critical when reducing the supply voltage.

3 Tao WANG and Liping LIANG. “Analysis and Design of a Continuous-Time Sigma-Delta
Modulator with 20 MHz Signal Bandwidth, 53.6 dB Dynamic Range and 51.4 dB SNDR”. in:
4th IEEE International Symposium on Electronic Design, Test and Applications (delta 2008).
2008, pp. 79–84. DOI: 10.1109/DELTA.2008.17.

4 Jinghua ZHANG, Libin YAO, and Yong LIAN. “A 1.2-V 2.7-mW 160MHz continuous-time delta-
sigma modulator with input-feedforward structure”. In: 2009 IEEE Custom Integrated Circuits
Conference. 2009, pp. 475–478. DOI: 10.1109/CICC.2009.5280787.

5 Changuk LEE et al. “26.6 A 6.5µW 10kHz-BW 80.4dB-SNDR Continuous-Time ∆-Σ Modulator
with Gm-Input and 300mVpp Linear Input Range for Closed-Loop Neural Recording”. In:
2020 IEEE International Solid- State Circuits Conference - (ISSCC). 2020, pp. 410–412. DOI:
10.1109/ISSCC19947.2020.9063074.
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Figure 7. Conventional integrator topologies, (a) RC integrator (b) Switched
Capacitors Integrator
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On the other hand, discrete-time modulators implement switched capacitor inte-

gration filters, eliminating the need for resistors and reducing their power con-

sumption 6 7. However, these filters require two non-overlapping clock phases

to develop integration, so the opamp’s ability to respond in just under half of the

clock period limits the maximum frequency at which they can operate. In addition,

since their operation is based on moving charges from one capacitor to another,

the use of CMOS switches can contribute additional charges that generate noise

at the filter output.

One of the power reduction techniques implemented is reducing the supply volt-

age to the maximum that circuits can tolerate to function correctly. As evidenced

in Figure 2b), the input stage of opamps is often one of the most compromised

when doing this. Due to this need, 8 proposes an alternative integrator based

on inverters as an amplifier in a switched capacitor circuit, taking advantage of

the low consumption of the topology and reducing the supply voltage to values

less than |VTHP|+ VTHN. Figure 8 shows this SC integrator topology based on

the inverter as an amplifier, in a) its single-ended implementation and in b) its

pseudo-differential implementation with a group of capacitors (CM) for common

mode feedback (CMFB) 9. The inverter can be designed to force node VT to sig-

6 Luı́s H. C. FERREIRA and Sameer R. SONKUSALE. “A 0.25-V 28-nW 58-dB Dynamic
Range Asynchronous Delta Sigma Modulator in 130-nm Digital CMOS Process”. In: IEEE
Transactions on Very Large Scale Integration (VLSI) Systems 23.5 (2015), pp. 926–934. DOI:
10.1109/TVLSI.2014.2330698.

7 Sheng-Hui LIAO and Jieh-Tsorng WU. “A 1 V 175 µW 94.6 dB SNDR 25 kHz bandwidth delta-
sigma modulator using segmented integration techniques”. In: 2018 IEEE Custom Integrated
Circuits Conference (CICC). 2018, pp. 1–4. DOI: 10.1109/CICC.2018.8357086.

8 Youngcheol CHAE and Gunhee HAN. “Low Voltage, Low Power, Inverter-Based Switched-
Capacitor Delta-Sigma Modulator”. In: IEEE Journal of Solid-State Circuits 44.2 (2009),
pp. 458–472. DOI: 10.1109/JSSC.2008.2010973.

9 L. WU et al. “Efficient common-mode feedback circuits for pseudo-differential switched-

25

https://doi.org/10.1109/TVLSI.2014.2330698
https://doi.org/10.1109/CICC.2018.8357086
https://doi.org/10.1109/JSSC.2008.2010973


Figure 8. Inverter-Based switched capacitors integrator, (a) Single-Ended (b)
pseudo-differential
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nal virtual ground by implementing the auto-zero offset cancellation technique, as

do the opamps in Figure 7.

To explain this circuit’s behavior, the integration process’s different stages can be

seen in Figure 9. First, in 9a), assuming any time t0, when ϕ1 is high, and ϕ2 is

low, CS stores a charge QCS = VIN · CS and Ci, as one of its terminals is floating,

keep the charge stored in the previous clock cycle, let us call it QCi(n − 1). Note

that the inverter is connected in unity feedback. For this circuit, the inverter is

designed in a nominal corner to set VX = VOUT = 0 (signal ground). However,

due to variations in the manufacturing process, device sizing, supply voltage, and

voltage threshold, VX may have an offset from signal ground. Then, the voltage

drop across the capacitor CC is VX − VREF = VOFF.

Then, in the next phase 9b), when ϕ1 is low and ϕ2 is high, node VS is switched

to signal ground, and due to the charge previously stored in CS and CC, nodes

VT and VX will instantly change to −VIN and −VIN + VOFF, respectively, but due

to the feedback through capacitor Ci and the opamp gain, these nodes tends

to return to signal ground and VOFF. From the previous phase, voltage across

capacitor CC was VOFF, and because no current flows to the inverter input, the

voltage across this remains constant during this second phase. As VT recovers,

the charges are distributed. At the end of the phase, as VCS = 0, the charge

initially stored in CS moves to Ci. Thus, over the clock cycles, the charge stored in

CS due to the input is accumulated in Ci, developing a ”charge integration.” Given

the behavior of the circuit, Figure 9a) is called sampling stage and Figure 9b)

integration stage.

From the previous analysis, VOUT is calculated using the principle of charge con-

servation,

capacitor stages”. In: 2000 IEEE International Symposium on Circuits and Systems (ISCAS).
vol. 5. 2000, 445–448 vol.5. DOI: 10.1109/ISCAS.2000.857467.
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Figure 9. Inverter-Based switched capacitors integrator stages, (a) Sampling
Stage (b) Integration Stage
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Qi = Q f

Where Qi corresponds to the total charge stored by the capacitors at the end of

the sampling stage and Q f the total charge of the capacitors at the end of the

integration stage, so that,

VIN · CS + VOFF · CC + QCi(n − 1) =

VOFF · CC + VOUT · Ci

(9)

As QCi(n− 1) represents the charge stored by Ci in the previous integration stage,

it can be seen that.

QCi(n − 1) = VOUT(n − 1) · Ci

By replacing this value in Eq. 9, the output at the end of the n-th clock cycle is

obtained as

VOUT(n) = VOUT(n − 1) +
CS

Ci
· VIN(n) (10)

This equation is the differential equation of a system H(z) given by

H(z) =
VOUT(z)
VIN(z)

=
p

1 − z−1 (11)

Where,

p =
CS

Ci
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2.1. THE INVERTER AS AMPLIFIER

The inverter is not a commonly used alternative as an amplifier because it presents

various design challenges due to its non-linearities, such as limited gain, parasitic

capacitances between input and output, excursion range, and more. However, 8

presents a comprehensive analysis of its implementation and demonstrates how

cascode inverters drive the main challenges. Cascode inverters can offer the

necessary gain and isolate input and output nodes. In addition, implementing a

pseudo-differential architecture (as shown in Figure 8b) ) improves the system

PSRR.

Table 2. Inverter’s specifications

Specification Expected Achieved
Supply Voltage (V) 0.9 0.9
Common Mode (V) 450m 450m

Gain min (V/V) -100 -100
Vout Swing (V) >600m 606m

SR(V/µs) >19 21.3
CL (pF) 1.1 1.1

Power Consumption units of uW 8.1 uW10

Figure 10 shows the the implemented cascode inverter schematic whit bias-

ing. The design of this circuit starts with Table 2, which presents the minimum

specifications of the inverter. This design is limited to meeting these specifica-

tions in a typical corner. In slow mobility corners, CMOS transistors increase

their VTH, making their operation at VDD of 0.9V very precarious. The critical

point for the design of this circuit is the excursion range at the output of the

inverter. The output range is defined by 2 · Vdsatn downwards and 2 · Vdsatp

upwards to meet the specification. It is necessary to guarantee that M9 and

M10 are saturated when VOUT = 150mV and M12 and M13 are saturated when

VOUT = 750mV. The transistors are biased in weak inversion to achieve a

30



low Vdsat, leaving Vds = 70mV < Vdsat for M9 and M13 and Vds = 80mV

for M12 and M10 when the output pushes them. With VTHN ≈ 550mV and

VTHP ≈ 565mV in a typical case, Vb1 = VTHN + Vdsat = 620mV is chosen,

and Vb1 = VDD − VTHN − Vdsat = 280mV.

The pmos2v mac and nmos2v mac devices from TSMC CMOS 180nm PDK have

been characterized. For both devices to drive the same current under the same

voltages, with the same length, the WP ≈ (π − 1) · WN, this relation is needed to

guarantee the VCM ≈ VDD
2 . To achieve the slew rate from the specification, the

inverter must deliver a current of

IOUT = SR · CL = 21µA

However, this slew rate must be achieved when at the beginning of the integration

stage (Figure 9 b) VX instantly changes to −VIN +VOFF, which, depending on the

signal, forces P or N transistors into strong inversion, increasing their SR, allowing

to keep a low static current flowing through the branch to keep a high gain.

Figure 10. Cascode inverter schematic, and its biasing circuit
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2.1.1. First approximation of design For when VOUT = VX = VCM, it is

chosen that a current of 5µA passes through the inverter branch. To reach the

desired speed, Lmin = 180n is used in transistors M9 (W/L = 5.2um/180nm)

and M13 (W/L = 11.5um/180nm), which control the current of the branch.

On the other hand, for cascode devices L = 2Lmin is used: M10 (W/L =

4.7um/360nm) and M12 (W/L = 10.2um/360nm). These dimensions report an

SR of 22.51V/µs, and VCM = 446.4mV with ID = 4.6uA, but their output range

with gain greater than 100 V/V is limited to 575mV

2.1.2. Fine tuning From the first approximation, it is concluded that it is nec-

essary to increase DC gain, and for this, it is necessary to increase transistor

lengths. From here, a more precise modification converges in

(W/L)9 = 7.3um/250nm

(W/L)13 = 16um/250nm

(W/L)10 = 6.5um/500nm

(W/L)12 = 14.2um/500nm

With these values, the specifications achieved are observed in table 2. A decisive

advantage of this inverter is its great slew without static current since the current

flow that charges the output capacitor occurs at the beginning of the integration

phase. Once charged, its consumption returns to static.
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3. COMPARATOR DESIGN AND CONSIDERATIONS

In this section, the design of the system’s quantizer is developed. For practicality

and reduction of complexity and system consumption, a 1-bit quantizer is chosen,

a dynamic comparator. For this, it is necessary to clarify the minimum specifica-

tions that it must meet to guarantee its correct operation in the system. These

specifications are presented in Table 3.

Table 3. Comparator’s specifications.

Required Achieved
Specification Min Typ Max Min Typ Max

Supply Voltage
(V) 900m 910m 920m 900m 910m 920m

Input Common
Mode (V) 450m - - 400m - -

Clock Frequency
(MHz) 5.12 - - 5.12 - -

Propagation
delay (ns) - - 9.8 4.4 5.4 8.8

Offset Voltage
(V @ 3σ) < 5m 3.73m

Input Referred
Noise (V) < 1m 240µV

Load Cap (fF) ≈ 12 (Buffer)

Power
Consumption
(µW)

To Be Minized 0.823 0.977 1.225

Although the power consumption specification defined as ”To Be Minimized” may

be redundant, it is a crucial point when choosing the comparator architecture.

For this work, a Strong-Arm comparator, presented in Figure 11, stands out for
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having characteristics such as zero static current (due to the shutdown of M3 or

M4 and M5 or M6 once the value of VX and VY is established). A dynamic current

limitation is given by the tail transistor M7 11. Although this last current limitation

can also limit the response speed, the modulator will be limited in speed due to

the response of the inverter presented in the previous section. In this way, the

comparator is not required at its maximum possible speed.

Figure 11. Strong-Arm Comparator Core
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3.1. BASIC BEHAVIOR

As described in 11, this comparator works by charging and discharging the nodes

VP, VQ, VX and VY. The CLK clock signal, starting at a low voltage (VSS), turns

11 Behzad RAZAVI. “The StrongARM Latch [A Circuit for All Seasons]”. In: IEEE Solid-State
Circuits Magazine 7.2 (2015), pp. 12–17. DOI: 10.1109/MSSC.2015.2418155.
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off the tail transistor M7 and turns on switches S1-4. These switches charge all

nodes to VDD, turning off transistors M1-6, so while CLK = VSS, no static current

flows from VDD to VSS. At the moment that CLK switches to a high voltage (VDD),

the switches turn off, releasing all nodes at an initial voltage of VDD, so M3-6 start

in OFF state and VDS ≈ 0 for M7. At this point, the ”race” to define the output

begins. The nodes VP and VQ will be discharged through transistors M1 and M2,

biased by voltages VIN1 and VIN2, if VIN1 > VIN2 then ID1 > ID2 and therefore

node VP discharges faster than node VQ.

This discharge of VP and VQ continues until these nodes reach a value of VDD −

VTH3,4, transistors M3 and M4 turn on, and a small positive feedback begins. The

nodes VX and VY begin to discharge due to the current of M3 and M4. As one of

the two nodes discharges faster, the other does so more slowly.

The circuit behaves this way until VX or VY drop to VDD − VTH5,6. In this last

stage, the strong positive feedback of the cross-coupled transistors M4-6 forces

these nodes to be defined. If VIN1 > VIN2 then VX will be forced to VSS and VY to

VDD. If we define VOUT = VY − VX then the behavior of the output is

VOUT = VIN1 > VIN2 (12)

Note that when VX = VDD is established, M4 is turned on, but M6 is turned off,

so M6 acts as an open switch, and in this way, there is no conduction of static

current through the branch. At the same time, the opposite occurs in the other

branch, as VY = VSS, M5 is turned on, but M3 is turned off.
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3.2. DEVICE SIZING

A methodology based on 12 is developed for the circuit design. As mentioned

earlier, since speed is not a specification of concern for this circuit, the channel

lengths of the transistors are set as L = 2Lmin = 360nm. First, the most critical

point is the operation of M1 and M2 since, as mentioned in the introduction, a

differential pair input stage has complications in operating in a circuit powered

by a voltage as low as 0.9V. This problem is solved by implementing low VTH

transistors (≈ 320mV) only in M1 and M2 (Figure 11) to ensure that they can

turn on correctly with VCM at the input of 0.45V. In addition, these will be mainly

responsible for the comparator’s OFFSET, so they are dimensioned with W1,2 =

20µm. Second, the system speed will be limited by transistor M7, which operates

in a deep triode. An initial value of W7 = 12µm is chosen to ensure acceptable

speed in all corners. Third, the cross-coupled transistors do not require large

dimensions; a 5th part of M1 and M2 is sufficient for a typical design 12, that is,

W3,4 = 4µm. However, intending to make the rise and fall times of nodes VX and

VY symmetrical, W5,6 = 5µm is established. Finally, the switches must be able to

completely reset the circuit nodes to VDD in less than half the clock phase. An

initial value of WS = 2µm can guarantee this condition by far.

3.3. OUTPUT STAGE

Finally, it is necessary to highlight from Figure 11 that when CLK returns to VSS,

the nodes are reset to VDD through switches S1-4, erasing the comparator’s re-

sponse. Thus, an SR latch is implemented as an output stage for the output to

be maintained, as shown in Figure 12. Digital inverters are used to speed up

12 Behzad RAZAVI. “The Design of a Comparator [The Analog Mind]”. In: IEEE Solid-State
Circuits Magazine 12.4 (2020), pp. 8–14. DOI: 10.1109/MSSC.2020.3021865.
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Figure 12. Latch SR output stage, with Reset logic (R)
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the response of the Strong-Arm and ultimately define the signals to the latch. To

force a known latch state as the starting point of the conversion, a reset logic is

implemented with transistors MR1 and MR2. When the reset signal is high, re-

gardless of the state of VX, node, VA is forced to VSS due to MR1. This voltage

causes M14 to try to force node VB to VDD. To avoid the struggle between M14

and M12, transistor MR2 separates M12 from node VB. In this way, if we define

VOUT = VA −VB, the comparator output still satisfies Eq. 12 throughout the entire

clock cycle.

For the sizing of the devices in this output stage, the fact that the comparator’s

load will be a buffer with an input capacitance of around 12 f F is taken into ac-

count, so these devices do not need to conduct a high current to respond to the

output. Therefore, a length of 500nm is chosen for all devices except for M12 and

MR2. Unlike MR1, which turns on with the reset signal high and does not affect

the regular operation of the latch, MR2 is on all the time in the latch’s daily opera-
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tion. For this reason, to keep the fall times of both nodes VA and VB symmetrical,

it is necessary to establish 2 · LR2,12 = L11. Through simulation, the values of W

for transistors M11-14 that meet the propagation delay requirements of Table 3

are easily reached. Thus, it is finally defined that W11,12 = 1.5µm, WR1,R2 = 1.5µm

and W13,14 = 2µm.
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4. SWITCHING DESIGN AND CONSIDERATIONS

This delta-sigma modulator implements switching capacitors circuits, using MOS-

FET transistors in their application as switches. In deep, MOSFET transistors are

not ideal switches. For example, in the sample and hold circuit shown in Figure

13 a), either during charging or discharging of the capacitor, when VG = VDD and

VDS approaches zero or, in other words, when VDS ≪ 2(VG − VTH) at the end of

the charge or discharge cycle, the transistor can be modeled as a resistance:

RON =
1

µnCox
W
L (VG − VIN − VTH)

Then, the transistor propagates the input value to the output. However, the sit-

uation is more complex because parasitic capacitances are associated with the

MOS device. These capacitances cause offset and distortion effects. In this sec-

tion, the most representative non-idealities: channel charge injection and clock

feedthrough, are presented. These effects limit the modulator performance due

to errors introduced to the charge stored in the capacitors13. Whereas in Figure

13 b), when VG = VSS, the transistor can be seen as an open circuit, preventing

the input signal from propagating to the output.

4.1. CHANNEL CHARGE INJECTION

As shown in Figure 14, applying a HIGH voltage to the gate of the MOS transistor

to turn it on, a charge build-up occurs at the transistor channel. When off, the load

is shifted to the drain and source terminals. In Figure 14, the input absorbs load

13 B.J. SHEU and C. HU. “Switch-induced error voltage on a switched capacitor”. In: IEEE
Journal of Solid-State Circuits 19.4 (1984), pp. 519–525. DOI: 10.1109/JSSC.1984.1052176.
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Figure 13. Transistor as a switch, (a) Transistor as a resistor (ON) (b) Transistor
as an open circuit (OFF)

(a)

(b)

moving to the left, which does not introduce any error into the signal. However,

the charge flowing to the right is absorbed by capacitor C, causing a variation in

the voltage sampled by this component.

No defined model specifies how much charge goes to VIN or to the capacitor.

Consider the worst case where the capacitor absorbs the entire channel charge

and Vth is constant for any input, approximating the output as:

Vout = Vin

(
1 +

WLCox

C

)
− WLCox

c
(VCLK − VTH)

It follows that the optimal output value is influenced by a non-unitary gain, in this

case, equal to 1 + WLCox/C, and a constant offset voltage of −WLCox(VCLK −

VTH/C. In addition, a dependence on the WL factor is present in both non-

idealities. Considering the body effect, a non-linear relationship of Vth on VIN is
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found 14.

Figure 14. Charge injection when a switch turns off
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4.2. CLOCK FEEDTHROUGH

Refers to the coupling of clock transitions through the overlap capacitance be-

tween the gate and the drain or source. As illustrated in Figure 15, when the

gate voltage changes to turn the transistor on or off, the signal is coupled to the

channel and affects the voltage level at the drain or source. Assuming the overlap

capacitance is constant:

∆VOUT = VCLK
WCp

WCp + C

This effect is independent of the input level and provides a constant offset be-

tween input and output. for a more detailed discussion of this phenomenon, see
15 and 14.

14 Behzad RAZAVI. Desing of Analog CMOS Integrated Circuits, 2Ed. McGraw-Hill Education,
2017. Chap. Chapter 13: Introduction to Switched-Capacitor Circuits.

15 C. EICHENBERGER and W. GUGGENBUHL. “Dummy transistor compensation of analog
MOS switches”. In: IEEE Journal of Solid-State Circuits 24.4 (1989), pp. 1143–1146. DOI:
10.1109/4.34103.
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Figure 15. Clock feedthrough in a sampling circuit
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4.3. DRIVING NON-IDEALITIES

The effects previously mentioned introduce an error to the modulator signal path.

This section also presents the commonly used techniques to drive these non-

idealities.

4.3.1. Dummy switch The principle of this technique consists of using a sec-

ond transistor, connected as shown in Figure 16. This transistor is responsible

for removing the charge induced by M1. To do this, M2 must turn on when M1

turns off so that M2 absorbs the excess charges left in C by M1 15, noted that

this technique provides an effective cancellation of the clock feedthrough if M2 is

twice that of M1 which means that the overlap capacitance of M1 on the capacitor

side will be equal to the sum of the overlap capacitances of M2.

Figure 16. Dummy device to reduce charge injection and clock feedthrough
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A limitation of this technique is that accurate cancellation is not guaranteed. Due

42



to the uncertainty in the charge distribution in M1 between the drain and source, it

is difficult to size M2 for effective charge injection cancellation. In addition, factors

such as manufacturing process variations and other non-idealities can further

affect cancellation accuracy. This technique also requires an additional clock for

proper operation, which increases power consumption and the area occupied by

the switching transistors.

4.3.2. Complementary switch This consists of implementing a PMOS and

an NMOS in the configuration illustrated in Figure 17. Allows for a given value of

∆q1 of electrons, there to be an opposite charge ∆q2 that counteracts the effect of

∆q1. However, this charge cancellation depends on the input value, which means

that the transistors can only configure to nullify the effect of charge injection at

a specific input level. In addition, this technique presents certain complications,

such as the need for an additional clock signal and more transistors, which also

increases power consumption and occupied area.

Figure 17. Complementary switches to reduce charge injection
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4.3.3. Let’s Make it Differential The well-documented advantages of differen-

tial circuits suggest that their implementation will completely mitigate the problem
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of charge injection. Upon examining Figure 18, we can determine that

∆q1 = WLCox(VDD − Vin1 − Vth1)

and,

∆q2 = WLCox(VDD − Vin2 − Vth2)

From this, it follows that ∆q1 = ∆q2 only if Vin1 = Vin2. That is, the differential

signals do not eliminate all generated errors. However, it does manage to elim-

inate the part corresponding to the constant offset error introduced by the clock

feedthrough and the charge injection 14.

Figure 18. Diferential sampling topology
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4.4. SELECTION PROCESS

To select the switch implementation, we use a pseudo-differential integrator block

like the one in Figure 8 to compare. The goal is to evaluate the error introduced

by different switches. For this purpose, we use a differential input of Vin = 450 +

/ − 50mV or 100mV total amplitude. Due to the low supply voltage, the switches

implement a clock amplitude twice the global supply voltage (1.8V).

In Figure 19, the error of each of these architectures to the expected value in
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each integration cycle is evident. The N Switch and the dummy transistor Switch

have very similar performance, with the N Switch being slightly better.

Figure 19. Comparison between NMOS, Dummy, and Complementary switches
for minimum technology dimensions
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Taking into account the above and referring back to Figure 13 a), we can make

an approximation of τ = RONC. To consider a valid value for RON, with an input

ranging from 0 to 0.9V, a VG of 1.8V to ensure proper transistor activation and a

transistor with L=180n and W=220n. The worst-case load capacitance within the

circuit was analyzed to be at least 900fF, yielding the results presented in Figure

20.

From the worst and best case for the nominal corner, VONmin = 2.36kΩ and

VONmax = 8.78kΩ, thus τmin = 2.12ns and τmax = 7.902ns. For an estimated

operating frequency of 5.12MHz and 10% non-overlapping clock, we would have

a maximum settling time of 87.89ns. Therefore, under these conditions, an SW
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with minimum dimensions does not pose any speed-related issues for the circuit.

Figure 20. Transfer curves NMOS2VMAC, VG=1.8V. Ron vs VIN
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For our implementation, we have decided to use a single Switch with minimum

dimensions in the TSMC180 technology node for nmos2vmac transistors. By

doing this, we save area and power consumption without sacrificing performance.
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5. OTHER REQUIRED ELEMENTS

5.1. NON-OVERLAPPING CLOCK GENERATOR

Section III of the document shows that it is necessary to operate the implemented

correctly switched capacitor integrator circuit (Figure 9) to have two clock phases

ϕ1 and ϕ2 without overlap. I.e., phase ϕ1 must be fully established at VSS before

phase ϕ2 begins its transition from VSS to VDD and vice versa. This configuration

ensures there is no moment when both switches of ϕ1 and those of ϕ2 are acti-

vated simultaneously, preventing the charge stored in the capacitors from flowing

into unwanted paths.

However, a single clock signal with a frequency of 5.12MHz and a duty cycle of

50% is supplied to the modulator. A clock generation circuit shown in Figure 21

is implemented to generate the two phases. In this circuit, digital cells with a

specific propagation delay (marked in the figure as ”SLOW”) are designed, and

to precisely define the output and input, buffers with negligible delay (marked as

”BUFFER”) are implemented.

Figure 21. Clock Boosting circuit
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This circuit operates by taking advantage of the propagation delay of digital cells

to generate a dead time between the two clock phases. This value is determined

by the sum of the delay of the NAND gate and two times the delay of the slow

inverter.

Choosing the appropriate dead time for the design of the modulator is challenging.

Selecting a prolonged time ensures that the switches do not overlap but reduces

the duty cycle of the phases, resulting in a decrease in the response time available

for the integrators. In addition, the comparator must respond within this time

to continue with the next sampling stage of the integrators. Considering these

factors, an appropriate dead time should be greater than 5% of the clock cycle

and less than 10%, that is, between approximately 10 and 20 ns.

Simulations through corners of the implemented circuit report a minimum value of

12.1ns, a typical value of 15.6ns, and a maximum value of 18.0ns. In addition, it re-

ports an average consumption of 2.6µW in a typical corner, 2.4µW as a minimum,

and 3.5µW as a maximum.

5.2. CLOCK BOOSTING

As Section 5 of the document mentions, implementing switches at low VDD

presents various challenges. One of the main strategies to combat these chal-

lenges is creating ”another voltage domain.” That is, switches will be actuated by

clock signals that reach twice the maximum voltage of the rest of the system. This

ensures the correct connection between any two nodes in the system using only

NMOS transistors as switches. This technique is known as Clock Boosting.

The circuit used to implement clock boosting is shown in Figure 22, where CLK

corresponds to the clock signal provided as input and CLKD to the doubled clock

signal provided as output, in phase with the original signal.

To understand the operation of the circuit, initially consider that CLK = VSS.
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Figure 22. Clock Boosting circuit
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Switches S0, S2 and S4 are activated and S4 forces CLKD = VSS. Capacitor

CD is charged to VDD, with its upper terminal as positive. When CLK switches to

VDD, S1 and S3 are activated, connecting the lower terminal of the capacitor with

VDD and the upper terminal with CLKD. Therefore, the voltage seen by node

CLKD is

VCLKD = VDD + VCD = 2VDD

However, it is essential to note that a finite load capacitance value (CL) can affect

the performance of this system, as it absorbs part of the charge previously stored

in CD. Therefore, a more appropriate output voltage value is

VCLKD =
2 · VDD

1 + CL
CD

(13)
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Implementing this capacitor CD with an NMOS transistor of dimensions W/L =

15µm/15µm is sufficient to handle a load of more than 50 switches (the modulator

has approximately 34 in each phase) with a reduction of less than 1% in any

corner.

5.3. HALF-DELAYS IMPLEMENTATION

Finally, the modulator requires half-sample delays for feedback signals to the in-

tegrators. This work implements a D-type Flip-Flop driven by the phase opposite

to that of the comparator. A functional implementation of this D-type Flip-Flop

is a very relaxed version of the comparator presented in Section IV. From Fig-

ure 11, (W/L)1−4 = 2µm/360nm, (W/L)5−7 = 3µm/360nm, and (W/L)S1−4 =

1µm/360nm are defined. The same output stage is used for this Flip-Flop.
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6. SIMULATIONS RESULTS

As a result of this work, a 2nd order ∆Σ modulator described by the block diagram

in Figure 25a) and a 3rd order ∆Σ modulator described by the block diagram in

Figure 25b) are implemented. Figure 25c) shows the circuit implementation of the

third-order modulator. The circuit implementation of the second-order modulator

is the same as shown in 25c), but without an integration stage.

Two validation tests show the implemented modulators’ performance: input range

validation and validation against process variations. For both tests, the OSR is

set to 128, which translates to a clock frequency of 5.12MHz.

6.1. INPUT RANGE VALIDATION

This validation aims to show how the modulator performs against different input

amplitudes, intending to find the overload point of the modulator and its dynamic

input range. The modulator is subjected to a transient simulation with sinusoidal

input to do this. Sixteen thousand three hundred eighty-four clock cycles are

simulated in a typical corner. A sweep is made over the amplitude of the input

signal from 14mV differential to 1.262V differential. The results can be seen in

Figure 23, where a) shows the Input Range for the second order ∆Σ Mod with

an SNDR peak of 76dB@922mVDi f f and a Dynamic Range of 53dB. And b) the

Input Range for the third order ∆Σ Mod with an SNDR peak of 90dB@718mVDi f f

and a Dynamic Range of 71dB.

6.2. VALIDATION AGAINST PROCESS VARIATIONS

For this test, modulators are simulated against process variations: variations in

the mobility of n-type charge carriers, variations in the mobility of p-type charge
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Figure 23. SNDR for an amplitude sweep at the modulator input, a) 2nd order
∆Σ modulator b) 3rd order ∆Σ modulator
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carriers, variations in passive device values, variations in the supply voltage of

1% over 910mV, and temperature variations from −40C to 125C. This simulation

is carried out with a differential input amplitude of 500 mV. The results of these

simulations are presented in Figure 24. In a), the corners show a variation in

the output resolution, oscillating between 57dB and 75dB. On the other hand, in

b), the corners show considerable variations in the final resolution of the output

signal, varying between 52dB and 86dB. This can be observed in the presence of

the third harmonic.

Simulation results are summarized in Table 4.

Table 4. Modulators Results.

2nd Order Modulador 3rd Order Modulator
Specification Min Typ Max Min Typ Max
Supply
Voltage (V) 900m 910m 920m 900m 910m 920m

Sampling
Frequency
(MHz)

5.12 5.12

Bandwidth
(kHz) 20 20

Order 2 3
Peak SNDR
(dB) 76 90

DR (dB) 53 71
Power
Consumption
(µW)

17.16 81.4 250 17.48 105 337
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Figure 24. Output PSD at 500mV diff across corners, a) 2nd order ∆Σ modulator
b) 3rd order ∆Σ modulator

(a)

(b)
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Figure 25. Block diagrams and Schematic for implemented ∆Σ modulators, a)
Block diagram for implemented 2nd order ∆Σ modulator b) Block diagram for
implemented 3rd order ∆Σ modulator c) Schematic for implemented 3rd order
∆Σ modulator
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7. FUTURE WORK

This work leaves a solid experience in the design of low-supply voltage Delta-

Sigma modulators. However, different opportunities exist for improvement and

optimization of this implementation. This section discusses some improvement

options for this project.

7.1. FEEDFOREWARD ARCHITECTURE

One of the biggest challenges was fighting against the excursion ranges of the

integrator amplifier, which in this project was more challenging than usual when

using inverters as amplifiers. This problem is related to the implemented modu-

lator architecture. 16 proposes an architecture called Reduced Integrator Swing

Range (RISR), shown in Figure 26a). This architecture uses a feedforward loop

to make the output of the integrators process only quantization noise for noise

shaping. On the other hand, 17 proposes an improvement to this architecture by

inserting a 1-sample delay in the feedforward feedback path, as shown in Fig-

ure 26b). This delay reduces the demands on the comparator’s response, which

conventionally must respond fully in the clock’s death time.

The primary power consumption for this work is to guarantee that the inverters

can achieve the specifications for all process variations. This feedforward archi-

tecture is shown as a great candidate to continue reducing the system’s power.

16 KiYoung NAM et al. “A low-voltage low-power sigma-delta modulator for broadband analog-
to-digital conversion”. In: IEEE Journal of Solid-State Circuits 40.9 (2005), pp. 1855–1864.
DOI: 10.1109/JSSC.2005.852161.

17 Hyunsik PARK et al. “A 0.7-V 870-µ W Digital-Audio CMOS Sigma-Delta Modulator”. In:
IEEE Journal of Solid-State Circuits 44.4 (2009), pp. 1078–1088. DOI: 10.1109/JSSC.2009.
2014708.
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By decreasing the excursion ranges of the integrators, the amount of charge that

the inverters must provide to the integration capacitors is reduced.

7.2. MATLAB MODELING

One branch to be explored in this project is the complete and robust modeling of

the statistical process variations that technology may present. A design method-

ology based on high-level modeling using MATLAB has been implemented for this

work. Throughout the design of these modulators, the common practice of using

fast behavioral models to more accurately predict the response of the system’s

internal blocks in state-of-the-art is observed. Continuous feedback between the

behavioral model and circuit-level simulation results is an option that significantly

facilitates the design of a Delta Sigma modulator.
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Figure 26. Feedfoward Architecture, a) RISR topology 18 b) Relaxed Timing
constrains topology 19
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8. SUMMARY

This project presents the design of two classic FeedBack architecture ∆Σ modu-

lators, implementing a methodology that relates behavioral simulation with circuit

simulation. This project focuses on reducing these systems’ power consumption

as much as possible without affecting the final resolution. The techniques imple-

mented for reducing the power consumption of the modulator were:

8.1. SWITCHED CAPACITOR INTEGRATORS

The implementation of switched capacitor integrators (Figure 7b)) reduces the

power consumption of the system by removing passive elements with active power

consumption that dissipate heat during operation.

8.2. REDUCED SUPPLY VOLTAGE

Reducing the supply voltage is one of the most direct techniques for reducing

power consumption. However, this significantly challenges biasing and correct

operation of devices throughout the circuit. These challenges are solved by im-

plementing inverters as switch integrators and clock boosters. With this, a supply

voltage as low as 0.9V is achieved, which is lower than the sum of the threshold

voltages of CMOS transistors (|VTHP|+ VTHN).

8.3. CURRENT REDUCTION IN TYPICAL DESIGN

Each element, except for the inverter operating as an amplifier, was designed to

minimize current consumption as much as possible to meet specifications. Note

that in some cases, this reduction will have a cost in the area.
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In addition to these techniques, implementing a Feed-Forward architecture is pro-

posed to reduce integrators’ excursion range requirements and the speed require-

ments of the quantizer, thus reducing power consumption.
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